Abstract-This paper introduces a unique approach for the implementation of a miniaturized on-chip resonator and its application for the first-order bandpass filter (BPF) design. This approach utilizes a combination of a broadside-coupling technique and a split-ring structure. To fully understand the principle behind it, simplified LC equivalent-circuit models are provided. By analyzing these models, guidelines for implementation of an ultra-compact resonator and a BPF are given. To further demonstrate the feasibility of using this approach in practice, both the implemented resonator and the filter are fabricated in a standard 0.13-µm (Bi)-CMOS technology. The measured results show that the resonator can generate a resonance at 66.75 GHz, while the BPF has a center frequency at 40 GHz and an insertion loss of 1.7 dB. The chip size of both the resonator and the BPF, excluding the pads, is only 0.012mm 2 (0.08 × 0.144 mm 2 ).
I. INTRODUCTION

S
ILICON-based monolithic microwave integrated-circuit (MMIC) design has advanced by leaps and bounds over the last half-century. Currently, wireless systems are approaching a performance level that will enable an exciting new range of applications, such as full-duplex radios [1] , phased arrays [2] and passive imaging [3] . The performance of MMICs is normally evaluated regarding a key criterion, which is the fabrication cost. Although enormous amount of effort has been made to improve the overall performance of active devices, namely transistors, by scaling, and to implement low-loss transmission lines, high-Q inductors and transformers [4] - [6] , there are still spaces for innovation in terms of cost reduction. As the die size of an MMIC is often primarily constrained by the physical dimensions of passive devices, miniaturization of passive devices becomes one of the most critical issues for low-cost MMIC design. For low-frequency designs, although both active inductor and lumped element approaches have been well explored for ultra-compact MMIC designs [7] , [8] , none of these approaches seems to effectively work as the operation frequency is pushed into the millimeterwave region. On the other hand, the conventional way to implement on-chip passive devices is to simply transfer the classical microwave planar structures that have been used for years into MMIC designs. Unfortunately, this approach usually results in a relatively large die footprint, which is not ideal for a cost-constrained application [9] , [10] . Therefore, design of low-cost and high-performance MMICs are urgently looking for solutions that can be used to implement miniaturized passive devices. Different design techniques for passive-device miniaturization can be grouped into two general categories, lumped-and distributed-element designs, which is to name the two. It is noteworthy that both designs are proposed to satisfy different design specifications. It is not a matter of the one eliminating the other, but either being complementary or serving different situations. Perhaps, lumped-element-based approach is more popular for on-chip passive design at microwave frequency, which has been well documented in [11] . A variation of this approach is the so-called capacitive loading technique, which uses grounded capacitors to reduce the required overall electrical length. Consequently, the die size can be dramatically reduced [12] , [13] . In addition, an MIM capacitor is not only provided in almost every RF Si-based technology but is also inherently much more compact than its interdigitalbased counterparts, thus this approach has become a natural choice for device miniaturization. Another variation is to fully utilize the 3-D metal stack-up provided in any standard siliconbased technologies [14] - [18] . In deep-submicron technology, at least 7 metal layers are offered with thick aluminum layers that are particularly suitable for implementation of passive devices. One of the most successful design examples to be found in the literature is to use this approach to implement 3-D inductors, which has been proved to be very useful for ultra-compact low-noise amplifier (LNA) and voltagecontrolled oscillator (VCO) designs [14] , [16] . The second category is the distributed-element-based approach. Among different design approaches under this category, there is an emerging one, namely slow-wave coplanar waveguide (S-CPW), which takes advantages of using both 3-D and slow-wave structures [19] - [25] . Although this one is still in an infant stage, several interesting designs using this approach have already been presented in the literature, including not only resonators [19] , transmission lines [20] - [22] , and power dividers [22] , [23] , but also accurate devices modeling for S-CPW implementation in the standard Si-based technologies [24] , [25] .
In this work, design of a broadside-coupled split-ring resonator (BCSRR) is presented, followed by the integration with metal-insulator-metal (MIM) capacitors for a bandpass filter (BPF) implementation, as a design example of a miniaturized passive device. In addition, simplified LC equivalentcircuit models for both the BCSRR and BPF are developed that are used for fundamental analysis, so that the principle behind the presented approach can be fully explored. To prove that the presented concept is functional in practice, both designs are implemented and fabricated in a standard (Bi)-CMOS 0.13-μm technology. A good agreement between the simulation and measurements has been achieved. The rest of this paper is organized in the following way. In Section II, the proposed BCSSR and its application for a BPF design is presented. In Section III, the measured results are presented. Finally, a conclusion is drawn in Section IV.
II. DESIGN OF BROADSIDE-COUPLED SPLIT-RING RESONATOR
A. The Presented Electromagnetic Structure
A standard 0.13-μm (Bi)-CMOS SiGe technology is used in the design, which provides not only high-performance transistors (with ft of 200 GHz), but also 7 metal layers with aluminum as the thick top two metal layers. The additional MIM layer is placed between TM1 and M5. A cross-section view of the metal stack-up is given in Fig. 1 . In addition, the height of the silicon substrate is 200 μm [12] , [26] , [27] . The dielectric constant of SiO 2 is 4.1 and the loss tangent is 0.01.
B. Analysis and Design of the Presented Resonator
In order to further leverage the benefits of using a slowwave-based approach for miniaturized passive-device design, a unique electromagnetic (EM) structure, namely a BCSSR, is proposed in this work. The 3-D view of this structure is shown in Fig. 2(a) . As illustrated, the presented structure consists of two split rings, which are both vertically folded using the top two metal layers, but with opposite orientations. To understand the fundamental principle of this structure, the LC equivalent-circuit model is given in Fig. 2(b) . Since the metallic line behaves as an inductive conductor and capacitive couplings exist between the two split rings, the structure can be modeled by an equivalent LC-circuit as shown in Fig. 2(b) . The split-ring resonator can be divided into n sections and modeled by n-stage inductances L 11 , L 12 , L 21 , and L 22 , where the first and nth stage of inductance equals to L 11 and L 21 while the other n-2 stages are L 12 and L 22 . For the coupling characteristics, the capacitances C 11 and C 12 account for the electrical coupling between the metallic line and the ground, and C 21 and C 22 stand for the mutual electrical coupling between the two split rings. In order to effectively demonstrate the insight of the presented structure, the complex lumpedelement circuit can be simplified by merging several elements with similar functions into one component. For example, all n stages of grounded capacitances are small and equal to each other except for the first and nth stages with very small differences in value that can be neglected. Therefore, it is possible and practical to represent all the ground capacitances using one capacitor with a value of n · C 21 . In this case, the n-stage LC-model can be simplified to a 2-stage structure, which is shown in Fig. 3 . As can be observed, the n-stage of inductances of the split-ring resonators can be expressed by two inductances L 1 and L 2 , and the mutual coupling between the metallic lines and ground and the mutual coupling between the two resonators are expressed by C 1 and C 2 , respectively.
Since the circuit is fully symmetrical, it is possible to describe its transmission characteristics by adopting the even-and odd-mode analysis method. The even-mode and odd-mode lumped-element equivalent circuits are presented in Figs. 4(a) and 4(b), respectively. For the even mode, the symmetric plane in the middle is considered as a perfect magnetic wall, while for the odd mode, the middle plane is treated as a perfect electrical wall (virtual ground).
The resonator can be modeled as a reciprocal two-port network by its admittance matrix [Y ]
where Y even and Y odd represent the even-and odd-mode input admittances
Then the scattering parameters of the two-port network can be expressed as [10] 
where Y o is the load admittance. For the proposed resonator with two tapped ports, it is possible to find the transmission zero by solvingS 21 = 0. In this design, the reflection pole within the stop band can be found from
Replacing Y even and Y odd in (5) using (2) and (3), one can easily find the position of the transmission zero located at
It is clearly seen from (6) that the position of the reflection pole ω o is determined by the mutual coupling C 2 and the overall inductance of the metal strip L(= L 1 + L 2 ). Since C 2 represents the mutual coupling between the top and bottom split rings, its value is limited to a small range due to practical implementation issues, where the resonant frequency is mainly determined by L. Therefore, it is possible to select an appropriate value of C 2 first and then find L using (6) .
Meanwhile, it is also important to investigate the quality factor (Q-factor) of the resonator, since it is closely related to the bandwidth and loss of the resonator. The Q-factor can be expressed as:
while b is estimated as:
Here, b is the susceptance slope parameter of the resonator, and Y 11 (ω o ) is the value of Y 11 at the resonant frequency ω o in equation (1) . Considering (1)- (3) and (6)- (8), the Q-factor of the resonator can be expressed as
It is observed from (9) that the Q-factor is related to C 1 , C 2 and L, as well as the resonance ω o . Since the Q-factor is varied against ω o in a very complex way, it is difficult to see its insight; however, the relation between the Q-factor and other related parameters can be found in a straightforward way, if the frequency is fixed. As an example, a 3-D mapping of the Q-factor against the capacitance C 1 and the inductance L at 50 GHz is given in Fig. 5 . As illustrated, the Q-factor can be improved, if a smaller capacitance is selected.
C. Analysis and Design of a BPF Using BCSRR
Using the previously analyzed EM structure along with two metal-insulator-metal (MIM) capacitors, the design of a BPF is presented in this section. The simplified LC-equivalent circuit model of the filter is given in Fig. 6 . The structure can be regarded as a 1 st -order BPF, which has two cascaded capacitors and a BCSRR. Similar to the BCSRR, the BPF can also be analyzed using even-and odd-mode analysis method duo to its symmetricity. The equivalent circuits are shown in Fig. 7(a) and (b) . The even-and odd-mode input admittances Y even and Y odd can be expressed as
Similar to (5), the transmission zeros of the filter can be found by solving
It is obvious that ω = 0 is a root of equation (12), indicating that a transmission zero is located at DC. Compared with Fig. 3 , two additional capacitors, namely C p , are cascaded with the resonator in the design. These capacitors are not only used for DC blocking, but also able to generate an additional resonance of ω o , which is different from the pole of the resonator, ω o .
To investigate the coupling coefficient and the resonance of the BPF, a modified LC-equivalent circuit model for the BPF is presented in Fig. 8 . As shown, a shunted negative capacitance −C pa is added to be a part of an L-shape network, so that sufficient coupling can be provided to the filter [28] . However, this capacitor will affect the resonance of the filter. Therefore, another shunted capacitor C pa is required to be included in the modified model, which is also shown in Fig. 8 . In this case, the effect of the series capacitor C p on the resonance can be equivalently measured by the shunt capacitor C pa .
To precisely analyze the effect of the cascaded capacitors C p on the resonance of the BPF, the even-and odd-mode analysis method is applied, as given in Fig. 9(a) and (b) . In this case, the resonance of the BPF can be found out by calculating the resonance of the modified circuit model. The value of C pa is related to C p , which is parameterized as [28] :
The relation between the original capacitance C p and its equivalent capacitance C pa is illustrated in Fig. 10 under different resonance frequencies. In this case, the corrected even-and odd-mode input admittances of the BPF, namely Y even and Y odd , can be expressed as
The transmission zeros of the filter can be found by solving
Substituting (14) and (15) into (16), one can get:
It can be found from (17) that the criteria for solving the transmission zero of the BPF is exactly the same as for the resonator, which is given in (6) . Thus, the transmission zero of the BPF is placed at exactly the same position as the reflection pole of the resonator, that is
On the other hand, since the resonant frequency within the passband is produced by the odd-mode excitation, it is possible to find the position of ω o by solvingY odd = 0. Considering equation (15) , the following formula can be found:
After solving (19) , the angular frequency of the resonance of the BPF is found to be located at
where
As observed from (20)- (22), the resonance frequency of the BPF ω o is related to all parameters of C 1 , C 2 , C pa , L 1 and L 2 . Although it seems to be complicated that there are five variables in (20) - (22), some of them can be determined first by fixing the position of the transmission zero ω t z . Once the ω t z is fixed, the values of C 2 and L 1 + L 2 are also determined. The selection process of C 2 , L 1 and L 2 is similar to the one previously discussed for the resonator design, which is not repeated here. In addition, the Q-factor and the fractional bandwidth (FBW) of the BPF can also be controlled by the L-shape coupling networks. To that end, two conditions need to be satisfied at the same time: the resonant condition, which is given in (20) , and the coupling condition. For the coupling condition, the Q-factor of the filter Q is determined by the susceptance slope parameter of the BPF, which is calculated by
Here, b is the susceptance slope parameter of the resonator considering the effect of cascaded C p and BCSSR. It is clearly seen from (23) and (24) that the intrinsic Q-factor of the resonator in the BPF can be easily tuned by controlling b. Moreover, as previously mentioned, the values of capacitance C 2 and inductance L are determined as ω t z are fixed. Therefore, it is possible to select the appropriate values for C pa and L to find the desired resonance ω o and the Q-factor.
It is noted that the cascaded capacitance C p does not change the unloaded Q-factor of the BCSSR at all, but it will affect the external Q-factor of the filter Q ex (also known as loaded Q-factor). The external Q-factor of the filter Q ex is related to the bandwidth of the filter. As illustrated in Fig. 11 , the simulated frequency responses of the BPF with different external Q-factors are presented. The bandwidth of the designed BPF can be greatly varied without changing the center frequency and the position of transmission zero, which makes the presented approach very flexible for circuit designs.
The scattering parameters of both the BPF and the resonator can be plotted using modified equation (4) (20) with (6), which indicates that the transmission zero will locate at the upper-stopband of the BPF for harmonic suppression. Fig. 12 shows the simulated S-parameters of the presented resonator and BPF using the same lumped elements except for the inclusion of C p in the BPF. It is clearly seen that the transmission zeros created by the resonator and BPF are located at exactly the same position, which is at higher frequencies than the passband and thus forms the stopband of the BPF. Meanwhile, the positions of the transmission zero, resonance, external Q-factor and the bandwidth of the BPF can be easily controlled as discussed above. It is also noted that the resonance of the BPF is used to construct the passband, while the resonance of the BCSSR is used for generating a notch, which are quite different.
D. Implementation of the Presented Resonator and BPF
To be able to verify the derived equations, both the resonator and the BPF are implemented in this section. The 2D-view of the presented resonator is shown in Fig. 13 , of which the physical dimensions are given in Table I . As previously discussed, by varying the overall inductance of the metal strip, the resonance can be effectively controlled. As illustrated in Fig. 14(a) , the resonance is shifted from 50 to 68 GHz as the variable L a is varied from 140 to 180 μm. In addition, in Fig. 14(b) , the tuning of resonance by means of variation of W 1 is demonstrated.
On the other hand, the 3D-view of the implemented BPF is shown in Fig. 15 . As previously analyzed, the cascaded capacitors, C p could have an impact on the center frequency of the BPF. Thus, the simulated frequency responses of the filter in terms of |S 21 | and |S 11 | are given in Fig. 16 . As illustrated, the center frequency of the filter can be tuned by changing the capacitance values. More importantly, as predicted in the previous section, the variation of capacitance has a marginal impact on the transmission zero, which enables an independent pole-zero adjustment.
To further demonstrate the design flexibility of using the presented approach, the 5-step design flow used in this work is summarized in Fig. 17 . In Step 1, the variable G 2 , which is the width of the metal strips and the stacked metal layers, needs to be selected. In this work, only the top two metal layers are selected, although all the metal layers could be used to satisfy different design specifications. The selected value for G 2 is 4 μm to ensure a good reliability and reasonable capability for current handling. Then, in Step 2, the mutual coupling between the two resonators needs to be determined by selecting a value for variable G 3 . Since the main motivation of this work is to design miniaturized passive devices, the minimum allowed gap between the metal strips is selected. In Step 3, for a constraint area, the width W 1 and the length L a of the EM structure can be carefully optimized according to the results shown in Fig. 14 . As illustrated in Figs. 12 and 16 , the transmission zero of the BPF is independent of the value of C p . Thus, in Step 4, the value of C p can be determined based on the requirements of ω o and F BW of the BPF. Finally, the overall performance of the designed BPF can be re-optimized to fully satisfy all design specifications.
III. MEASUREMENT RESULTS
To evaluate the performance of the proposed resonator and BPF, both circuits are fabricated in a standard 0.13-μm SiGe technology. The chip photos are shown in Fig. 18 . Excluding the pads, the chip size of both circuits is identical and is only 0.08 × 0.144 mm 2 . Using a vector network analyzer (VNA), ME7838A, from Anritsu, both circuits are measured via on-wafer G-S-G probing, from 1 GHz up to 110 GHz. Measurements were made by using conventional open-shortload-thru (OSLT) on-wafer calibration to move the reference planes from the connectors of the equipment to the tips of the RF probes.
For comparison, both the simulated and measured |S 21 | and |S 11 | (also known as return loss) of the resonator are plotted in Fig. 19(a) . As illustrated, the simulated resonance appears at 66.75 GHz with 25 dB attenuation, while the measured one has a resonance at 68.25 GHz with 27 dB attenuation. Thus, a fairly reasonable agreement between the EM simulation and measurements on the resonator is obtained. Moreover, both the simulated and measured S 21 and S 11 of the BPF are shown in Fig. 19(b) . As illustrated, the BPF has a measured center frequency at 40.75 GHz with an insertion loss of 1.7 dB, while the simulated center frequency is located at 41. 25 GHz with an insertion loss of 1.4 dB. In addition, the measured S 11 is better than -10 dB from 36.5 GHz to 44.6 GHz. The discrepancy between the simulated and measured results and some ripples appeared in the tested results above 80 GHz are caused by the G-S-G pads and testing environment, which are not included in the EM simulation. In addition, up to 10 dBm input power is used to verify the linearity of the designed filter, and there is no compression is observed in terms of S 21 .
To demonstrate the performance improvement of the presented design over other state-of-the-art ones, a comparison table is given in Table II . In addition, using the method presented in [5] , the unloaded quality factor (Q u ) of the filter is also given as a benchmark to evaluate the overall potential of the filter. As can be seen, comparing with the works presented in [13] , [26] , and [27] , this work uses the same technology node for implementation and operates in a similar frequency band, but achieves better insertion loss with significantly reduced die area.
IV. CONCLUSIONS
In this work, a novel approach that can be used for miniaturized passive-device design, in particular a resonator and BPF, is presented. To qualitatively demonstrate the principle of the presented approach, simplified LC-equivalent circuit models for both the resonator and filter are given to investigate their transmission characteristics. The impact of using different combinations of inductance and capacitance is also investigated. Based on the investigation, the dimensions of both passive devices are optimized in a quantitative way using an EM simulator. To further prove that the presented approach is feasible in practice, both devices are fabricated in a standard 0.13-μm (Bi)-CMOS technology. A reasonable agreement between the EM simulated and measured results is obtained. The sizes of both devices without pads are only 0.012 mm 2 . In addition, the insertion loss of the designed filter is 1.7 dB, while the harmonic suppression is more than 20 dB at 66.75 GHz. According to the overall performances of the designed devices, it can be concluded that this approach is particularly suitable for miniaturized MMIC design in siliconbased technologies. He is currently a Lecturer with the School of Computing and Communication, University of Technology Sydney, NSW, Australia. His research activities mainly involve in the areas of analog baseband, radio frequency, and millimeter-wave circuits and systems designs. He has co-authored over 80 refereed publications in the abovementioned fields.
